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A 10 mW mm-Wave Phase-Locked Loop with
Improved Lock Time in 28-nm FD-SOI CMOS

Mohammed Abdulaziz, Member, IEEE, Therese Forsberg, Student Member, IEEE, Markus Törmänen, Senior
Member, IEEE, Henrik Sjöland, Senior Member, IEEE.

Abstract—This paper presents a millimeter-wave phase-locked
loop (PLL), with an output frequency centered at 54.65 GHz.
It demonstrates a mode-switching architecture that considerably
improves the lock time, by seamlessly switching between a low-
noise mode and a fast-locking mode that is only used during
settling. The improvement is used to counteract the increased
lock-time caused by cycle-slips that results from using a high
reference frequency of 2280 MHz, which is several hundred
times the loop bandwidth. Such a reference frequency alleviates
the noise requirements on the PLL and is readily available
in 5G systems, from the RF PLL. The millimeter-wave PLL
is implemented in a low-power 28-nm FD-SOI CMOS process,
and its active area is just 0.19 mm2. The PLL also features a
novel double injection-locked divide-by-3 circuit and a charge-
pump mismatch compensation scheme, resulting in state-of-the-
art power consumption and jitter performance in the low-noise
mode. In this mode, the in-band phase noise is between -93 and
-96 dBc/Hz across the tuning range, and the integrated jitter is
between 176 and 212 fs. The total power consumption of the
millimeter-wave PLL is only 10.1 mW, resulting in a best case
PLL figure-of-merit (FOM) of -245 dB. The lock time in low-
noise mode is up to 12 µs, which is improved to 3 µs by switching
to the fast-locking mode, at the temporary expense of a power
consumption increase to 15.1 mW, an integrated jitter increase
to between 245 and 433 fs, and a FOM increase to between -235
and -240 dB.

Index Terms—60 GHz, 5G, charge pump, CMOS, divide-by-
three, fast lock time, frequency synthesizer, ILFD, injection-
locked divider, local oscillator, low phase noise, low-power, mm-
wave, phase-locked loop, PLL.

I. INTRODUCTION

PHASE-LOCKED LOOP (PLL) frequency synthesizers
are key parts of today’s wireless transceivers, and de-

signing PLLs for millimeter-wave (mm-wave) communication
standards is challenging from many aspects. Their phase noise
limits the highest achievable modulation order [1], and they
also need to have fast settling and be able to operate at low
power in battery operated devices [2]–[4]. In particular, fast
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Fig. 1. Example of a mm-wave frequency generation architecture for 5G
applications that utilizes the presence of an RF PLL.

settling time is required for communication standards that
support very high data rates, to avoid losing large amounts
of data during frequency locking. In frequency-modulated
continuous-wave (FMCW) radar applications a fast settling
PLL is required to be able to receive baseband signals at higher
frequencies, and hence reduce the impact of the high flicker
noise corner in short-channel technologies [3], [4].

A frequency synthesizer operating at about 60 GHz can be
used for direct conversion tranceivers in the unlicensed 60 GHz
band, where for instance the WiGig/IEEE 802.11ad standard
[2], future 5G standards [5], and high precision radars [3] will
reside. Such a frequency synthesizer, followed by a divide-by-
2 circuit, can also be used to generate quadrature signals for 28
GHz front-ends intended for emerging 5G applications. It can
also be used as the local oscillator (LO) in dual-frequency
conversion transceivers, by using the 60 GHz PLL output
signal together with the divided 30 GHz or 20 GHz signals
present in the PLL, depending on whether the first division
step after the voltage controlled oscillator (VCO) divides by 2
or 3. Higher frequencies in the E-band can then be targeted.
Clearly, high performance and low cost 60 GHz PLLs have
many potential applications.

The anticipated 5G wireless communication systems will
support mm-wave links together with lower frequency cellular
ones. This means that a mm-wave PLL operating with a high
reference frequency (fREF ) may have another PLL as its
input, instead of a crystal oscillator (XO). This has been the
case in recent works and prior art, such as [6]–[8]. Similarly, a
radio frequency (RF) fREF can be provided by direct digital
synthesis, which has been demonstrated in several state-of-the-
art sub-millimeter frequency imaging radar systems [9]–[11].
Increasing fREF is beneficial for the PLL noise performance,
because when the fREF noise is added to the PLL in-band
noise it is first multiplied by the PLL division ratio squared.
If the loop bandwidth is kept low, a PLL with high fREF
may also decrease the current consumption in the charge pump
(CP). However, if not addressed properly, this approach will
inevitably lead to problems with prolonged settling time. An
additional advantage of using the PLL for cellular bands as
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an input to the mm-wave PLL in 5G systems, is that the RF
PLL can provide the fine-grain resolution required for channel
selection and/or modulation and thus simplify the design of the
mm-wave PLL. The architecture of such a system is shown in
Fig. 1.

In this paper a new PLL architecture is presented. Tuned to
55 GHz, the PLL is aimed at 5G applications, but it also has
the more general goal of demonstrating an architecture that
balances low noise, low power consumption and fast settling
time, when a restriction is that the fREF is several hundreds
times the PLL loop bandwidth. The demonstrated PLL also
features a novel double injection-locked divide-by-3 circuit,
that achieves a wide lock range at low current consumption.
Furthermore, the CP includes a novel current mismatch mitiga-
tion technique based on negative feedback. To support rail-to-
rail output signals and hence wider VCO frequency range, the
CP also features an improved operational amplifier that allows
operation over a large common-mode range. The presented
PLL shows competitive performance at a power consumption
of just 10.1 mW, a value which to our knowledge is the lowest
presented at such high output frequency. The PLL architecture
is first introduced in Section II. Detailed description of circuit
design is then presented in Section III. The measurement
results together with a comparison to the state-of-the-art are
then presented in Section IV. Finally, the paper is concluded
in Section V.

II. PLL ARCHITECTURE

A conventional type-II PLL is shown in Fig. 3(a). Increasing
fREF is an effective technique to achieve lower phase noise
[6]–[8]. Traditionally, using a higher fREF means that the loop
bandwidth can be higher, which in turn leads to an improved
lock time. However, when the reference frequency becomes
very high, the loop bandwidth is no longer limited by the
reference frequency. Instead, if minimum jitter is targeted, the
loop bandwidth should be chosen as the frequency where the
VCO phase noise and extrapolated in-band phase noise at the
PLL output intersect. Generally, for state-of-the-art mm-wave
PLLs a typical bandwidth for optimum noise performance is
in the order of a few MHz. If fREF is then chosen to be about
2 GHz, the ratio of fREF to loop bandwidth becomes very
high. To still get the desired bandwidth when using such a
high fREF , either the loop filter (LF) capacitances must be
increased, or the charge pump current (ICP ) must be reduced.
Increasing the size of the LF leads to a large area for the
capacitors, while reducing ICP is an attractive way of reducing
the overall power consumption. However, this will also limit
the available output current from the CP that charges the filter
capacitances, and the PLL lock time will be severely degraded
due to so-called cycle slips, originating from nonlinear effects
in the transient when the PLL is out of lock-in range [12].
An example of this is shown in Fig. 2, where the simulated
VCO control voltage settling behavior for two PLLs with the
same bandwidth is presented. One uses an fREF that is 8
times higher, and to keep the loop bandwidth unchanged the
ICP is then also reduced 8 times. In the case of a high fREF -
to-bandwidth ratio, it can be seen that the cycle-slips prevents
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Fig. 2. Example of the impact of cycle-slips. Both cases have the same loop
bandwidth, but fREF is 8 times larger and ICP is 8 times smaller in case
2.

the PLL from approaching the correct frequency exponentially,
and that the settling time is significantly prolonged.

It is thus clear that aggressively increasing the fREF to
obtain better noise performance affects the settling time, and
that low phase noise and fast settling time are contradic-
tory in this case. To solve this conflict of requirements we
propose a PLL architecture that can achieve fast settling
by disregarding the noise performance during PLL settling,
and then seamlessly shift to a low noise mode at steady
state, thereby achieving both fast settling and low noise. The
proposed PLL architecture, that features two such optimized
modes of operation, is shown in Fig.3(b). Fast settling mode is
enabled when SWfast is set to logic 1. Both multiplexers then
forward the signal divided by an extra factor N2. The effective
reference frequency becomes fREF /N2, and the divided VCO
frequency to be compared to it by the phase frequency detector
(PFD) becomes fV CO

N1N2
. At the same time, the amplitude of

the current pulses fed to the loop filter from the CP become
N2ICP . This mode has an increased maximum current that can
charge the capacitors in the loop filter, which yields a faster
settling. Low noise mode is enabled when setting SWfast to
logic 0. Both multiplexers then forward fREF and fV CO/N1

without the extra division. The amplitude of the CP current
pulses is at the same time reduced to ICP . The reduced
CP current increases the settling time, but the total power
consumption is reduced and the decrease in total division ratio
improves the in-band phase noise of the PLL. In this work,
fREF /N2 is chosen to be 8, large enough to demonstrate the
efficiency of the mode-switching architecture.

It is important to note that for either mode setting, the
small signal PLL characteristics remain the same. One CP is
switched on or off, but a seamless transition between modes
is possible because the steady state value of Vctrl is the same
in both modes and no loop filter reconfiguration is needed.
The signal SWfast can be easily generated when the current
operating frequency is to be changed. As will be demonstrated
by measurements in Section IV, the mode transition will
indeed be seamless and not generate any sudden transients.
Therefore, the mode change back to low-noise mode can be
performed simply after a predefined delay, without any need
of calibration. As the measurements in Section IV suggest, a
safe choice for the delay is around 2.5 µs.

An alternative to the fast-settling PLL mode would be to
use a fast digital oscillator calibration, in both cases followed
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Fig. 3. Schematics of (a) a type II PLL and (b) the proposed PLL architecture, where SWfast = 1 activates fast-locking mode, and SWfast = 0 activates
the low-noise mode.

by linear settling. In [13] such a technique is used, with
a successive approximation register. The frequency divider
of the PLL is then set to the target value, and the divided
frequency with different digital oscillator control words is
measured using a counter. The time of the counting is pro-
portional to the required precision. For instance, using 7-bit
precision to provide margin against cycle slips in the low-
noise mode requires counting about 27 = 128 cycles. Since
the clocks are not synchronized, an error of up to one cycle
can occur [13]. This means that the measurement interval
must be doubled. With a 2-GHz clock, each measurement
will then require 128 ns. With a 7-bit control word, 7 such
measurements are needed, i.e. one per bit. The total calibration
time will then be about 0.9 µs. As can be seen in [13],
the linear settling following the calibration will then have a
significant transient and require additional time, compared to
the proposed technique that is close to transient-free. All in all,
it seems the two techniques can provide similar settling times.
However, implementing the digital frequency tuning in the
oscillator to support the calibration would result in increased
complexity and parasitics in the sensitive mm-wave oscillator.
The overall circuit simplicity and robustness of operation is a
key advantage of the proposed technique.

III. PLL IMPLEMENTATION AND CIRCUIT DETAILS

A. The VCO and divider chain

The PLL was implemented in a low power 28-nm CMOS
SOI process. The VCO and divider chain is shown in Fig. 4.
The phase noise performance of the cross-coupled pair VCO
is improved by using the tail current filtering technique [14],
which is effective also at 60 GHz [15]. The VCO output
is fed differentially to an injection-locked frequency divide-
by-3 circuit (ILFD), as well as to two single-ended buffers,
for measurement purposes. Simulations show that the full
differential VCO voltage swing of 2.7 V peak-to-peak can
be preserved, even if the VCO output signal is also required
to drive additional, mainly capacitive loads, such as divide-by-
two ILFD circuits or a mixer. The differential output of the
ILFD is fed directly to a differential latch-based divide-by-2
circuit, followed by true single phase clock (TSPC) dividers

and a multiplexer [16]. The first stage of the TSPC divider
divides the frequency of the input by 4 or 6, depending on
if the Sel control signal is set to logic 0 or 1, respectively.
This signal is used to perform step response measurements.
Based on whether the PLL is to operate in low-noise mode or
fast-settling mode, the control signal SWfast is set to either
logic 1 or 0. The sinusoidal reference signal is buffered and
converted to a square wave on chip, and fed to the PFD though
a multiplexer in a similar configuration as in the divider chain
path.

For mm-wave PLLs it is preferable to use a division ratio
higher than two in the first feedback divider stage after the
VCO, if it can be achieved without increasing the power
budget. At such frequencies, however, as explored in [17],
[18], special architectures suited for mm-wave operation have
to be employed. One such architecture that has lately gained
increased attention due to its attractive properties, such as low
power consumption and small area, is the mm-wave dynamic
current mode logic (DCML) divider. The operation at mm-
wave frequencies is attributed to that the memory elements in
the latches are the parasitic capacitances of the active devices.
Unfortunately, this kind of divider is sensitive to process,
voltage and temperature (PVT) variations. Injection locking
is a more attractive technique in terms of robustness, since
LC tanks are then used to tune the divided frequency output,
and ILFDs with higher division ratios such as 3 have been
demonstrated [19]–[21]. However, current consumption and
locking range remain major concerns when increasing the
division ratio, due to less effective current injection. The ILFD
presented in this work addresses these issues.

Differential ILFD divide-by-two operation is typically based
on injecting a current signal at a frequency close to the second
harmonic of the ILFD LC resonance (f0), at the source of the
current commutation MOS pair, as shown in Fig. 5(a) [22].
The current signal is then injected by the tail transistor M1

which acts as a transconductance. Note that M2 and M3 act
as a single balanced mixer with a maximum conversion gain
of G = 2

π , down-converting the injected signal to a frequency
close to f0 at the LC tank. A more general observation is that
injection locking division is achieved by injecting a harmonic
signal to the circuit that by some mechanism results in a
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current signal at the drains of M2 and M3, with a frequency
close to f0 and a magnitude sufficiently large to pull the
oscillator to that frequency. An upper bound of the frequency
locking range for the ILFD shown in Fig. 5(a) is expressed by
[22], [23]

ωrange ≤
ω0

2Q
· 2

π
· Iinj
Iosc

(1)

where Q is the quality factor of the divider’s LC tank, Iinj the
magnitude of the injected current, and Iosc the magnitude of
the free running oscillator current at f0. In (1) G = 2

π is used
assuming M2 and M3 switch on/off abruptly [23]. Injecting a
voltage Vinj at the gate of M1 makes the frequency locking
range ωrange become

ωrange ≤
ω0

2Q
· 2

π
· Gm · Vinj

Iosc
(2)

It is important to note that ωrange is referred to the output fre-
quency of the divider. Clearly, a way to improve the lock range

without compromizing performance, such as reducing Q, is by
maximizing Iinj (i.e. increasing the injection efficiency).

To make the ILFD to divide by 3, the current can be injected
directly to the output using differential back-to-back MOS
devices, as shown in Fig. 5(b) [21], [24]. In this work a
novel double injection-locked divide-by-3 circuit is proposed,
see Fig. 5(c). The proposed divider uses double injection to
achieve increased injection efficiency, enabling a wide tuning
range at a reduced current consumption. The triode-multiplier
constituted by devices M4 and M5 multiplies the injected
voltage (Vinj) at frequency f ≈ 3f0 with that of the divider
output, tuned to f0. It was shown in [25] that the output voltage
of the triode-multiplier is comprised of even order harmonics.
In this case, the multiplier is excited with rail-to-rail signals
from the VCO and therefore it acts as an efficient voltage-
mode single-balanced mixer with a differential input and a
single-ended output. The output of the multiplier is simply the
even order inter-modulation terms, which in locked state are at
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frequencies close to 2fo, 4fo and higher even order harmonics.
These tones are in turn fed to the tail current device, which
acts as a transconductance that injects current mainly at ≈ 2fo
to the source of the active pair (M2 and M3). This results in an
additional injection mechanism similar to that of the divide-
by-2 ILFD shown in Fig. 5(a). Higher order harmonics are not
significant, as they are suppressed by the circuit. The triode-
multiplier also injects a current signal at the first harmonic,
Iinj,direct directly to the output. Hence, the lock range of
the divider is proportional to the sum of lock ranges of the
two dividers in Fig. 5(a) and 5(b). Including the transfer of
the passive mixer Vinj = 2

πVout in (2) and adding the direct
injection gives

ωrange ≤
ω0

2Q
· ( 2

π2
· gmVout

Iosc
+
Iinj,direct
Iosc

) (3)

Equation (3) presents an upper bound to the lock range of
the double injection-locked divider, indicating that the lock
range can be increased considerably compared to the direct-
injection-only circuit, without any current penalty. The current
budget can also be reduced significantly, since with the second
injection path established, the first injection devices (M4 and
M5 in Fig. 5(c)) can be small, increasing the LC resonator
impedance. Further efficiency enhancement is also achieved
due to the push-push regime that the tail current source M1 is
operated in.

The designed divider covers the frequency range of the VCO
with a margin, to account for PVT variations. Simulations
of the divider sensitivity with single injection and with the
proposed double injection are shown in Fig. 6. At the same
power consumption, with an input power of 5 dBm and at
a fixed varactor voltage of V DD/2, the double injection
increases the locking range from 2.5% to 8.5%, i.e. by a factor
of 3.4. All possible spurs created by the ILFD are harmonics
of the divided signal and, since the output is differential, the
odd order harmonics dominate. Directly after the ILFD are
inverting buffers that aim to make the signal even more square-
wave shaped and thus increase the odd harmonics even further.
The spurs of the ILFD are thus of little concern in this case.
The simulated phase noise of the ILFD at 10 MHz offset from
the carrier is below -141 dBc/Hz, with a noise of -146 dBc/Hz
close to its self-resonance frequency.

The ILFD is followed by a divide-by-2 circuit as shown in
Fig. 5 (a). The latch proposed in [26], shown in Fig. 7, can be
used directly after the ILFD thanks to the high speed 28-nm
technology, while the last divider stages are implemented in
TSPC logic.

B. The PFD-CP

The three-state PFD used in this work is TSPC-based and
produces UP/DOWN pulses, which are converted to differen-
tial signals by inverters. Transmission gates are used to match
the inverter delay, thereby mitigating imbalance between the
differential signals.

The CP schematic is shown in Fig. 8, using a differential
architecture (M1 −M6) for high speed and reduced charge
sharing. The UP/DOWN currents are matched to a first order
through a 1:1 current mirror (M1, M6, M11 −M13). Due to the
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Fig. 7. Differential high speed CMOS latch.

reduced feature size, however, the channel length modulation
causes mismatch between the UP and DOWN currents at high
and low values of the output voltage Vctrl. This results in
different UP and DOWN pulse widths at steady state, where
the pulse with less current must become wider to compensate
for the current difference and produce zero net charge to
the LF. This issue results in increased spur levels and noise
contribution from the CP, as described below.

In [28], [29] it was shown that high frequency noise folding
due to CP gain mismatch can result in large PLL in-band phase
noise increase, especially in fractional-N PLLs with strong
Σ∆-modulation noise. This effect is even more pronounced
by charge injection, further increasing gain mismatch in the
cross-over region, resulting in more noise folding. To reduce
charge injection, an operational amplifier OP1 is therefore used
to make the voltage of the dummy node in the differential
CP track Vctrl [30]. Furthermore, with increased fREF , the
contribution of the CP to the PLL phase noise becomes more
significant. This in-band contribution is [31], [32]:

LCP =
2kBTγgmnT
(ICP /2π)2

· (Tp/TREF ) · (1 +
(Tp/TREF )fc

foffset
) ·N2

(4)
where TREF = 1/fREF , kB is the Boltzmann constant, T
the absolute temperature, γ the MOS gamma factor, gm the
transconductance of the devices in the 1:1 current mirror, nT
the number of MOS devices used to copy current to the CP, fc
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the 1/f noise corner of the MOS devices, and Tp the current
pulse width in steady state (in this work Tp ≈ 20 ps). This
relation indicates that the noise contribution of the CP remains
constant if ICP is scaled down by the same factor as the PLL
division ratio N . However, Tp is dependent on the speed of
the latches in the PFD and hence do not scale with fREF .
As TREF is reduced the CP phase noise contribution will
therefore increase, both thermal noise and even more so 1/f
noise. A mismatch in UP/DOWN currents will result in wider
pulses, as the minimum pulse width is set by the PFD reset
delay. The pulses will then contain more charge and contribute
more phase noise. There are thus two mechanisms that cause
increased phase noise due to CP mismatch, high frequency
noise folding and loop filter noise injection, motivating a
technique to counteract mismatch.

To reduce the mismatch between UP and DOWN currents,
compensation of the channel length modulation effect is
required [33]. The schematic of the CP is shown in Fig. 8,
where an additional dc current branch (M7 −M10) has been

introduced, with 1:1 replicas of (M1,M3,M5,M6). A negative
feedback loop, using amplifier OP2 with a push-pull output
stage (M14,M15), controls the UP current so that the dc current
branch outputs Vctrl. Since the NMOS and PMOS currents are
equal in the dc branch, and it has the same output voltage as
the CP, and replicated devices, the UP and DOWN currents
must also be equal.

The operational amplifiers used in the CP needs to have
high gain as well as capability to handle rail-to-rail common-
mode signal levels. This is crucial as the CP output voltage
range limits the PLL frequency range. The schematic of a
conventional amplifier proposed in [27] is shown in Fig. 9(a).
All the devices are biased in weak inversion for low current
consumption, keeping in mind that only low frequency signals
are processed. The input differential pair limits the minimum
common-mode input voltage, and an improved version is
shown in Fig. 9(b), where the input stage is a differential
pair in parallel with a differential cross-coupled PMOS source
follower. As the common mode input voltage drops below
a threshhold voltage, the common source gain is drastically
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reduced. However, inserting the PMOS source follower in
parallell, which turns on under these conditions, preserves
some of the gain. Since the differential pair common source
amplifiers are loaded with diode connected devices, the voltage
gain from the gate to drain is not high, making the gain of
the common source an the source follower more similar. This
technique has also been used in [25] to improve the linearity
of operational transconductance amplifiers. Simulation of the
voltage gain with and without the proposed technique is shown
in Fig. 10. As can be seen in the figure, using a PMOS
source follower helps providing gain even at 0 V common-
mode input. Traditionally the amplifier shown in Fig. 9(a) has
been used without phase compensation, however, in this case
the high gain of the dc loop required compensation, realized
by the resistor-capacitor link at the output. The 20 pF capacitor
creates a dominant pole, and the resistor a high frequency zero,
advancing the phase.

The CP was simulated when driven by two in-phase signals
with a frequency of 2 GHz, to resemble the PLL locked
state with DIV and REF matched in phase and frequency.
The CP output was forced to a fixed voltage and the output
current was observed. The net output current then represents
the mismatch between UP and DOWN currents. The simulated
mismatch versus CP output voltage with/without the proposed
CP mismatch correction loop is shown in Fig. 11. As can be
seen, the current mismatch is reduced to less than 0.1% in
the range from 0.2 V to 0.8 V. The excessive mismatch near
supply (1 V) and ground voltage proximity is due to the Vdsat
drop required over the tail current devices M1 and M6 shown
in Fig. 8.

IV. MEASUREMENT RESULTS

Before designing the complete PLL, a stand-alone ILFD
was designed and fabricated. For comparison it shares a chip
with an identical ILFD - but without the double injection path.

0.9 mm

0.
45

m
m

Double InjectionSingle Injection

Fig. 12. ILFD chip photo. The active area is inside the white rectangles.

Loop
filterPFD

CP

Dividers

VCO ILFD

0.9 mm

0.
9

m
m

Fig. 13. The chip micrograph with the layout overlayed. The active area of
0.17 mm2 is inside the white rectangles.

Both the ILFDs and the subsequent PLL were fabricated in the
STMicroelectronics 28-nm ultra-thin body and buried oxide
(UTBB) fully-depleted (FD) silicon on insulator (SOI) CMOS
process with 10 metal layers for interconnect, and with the
metal-insulator-metal (MIM) capacitance option. The active
area of each divider is 0.05 mm2 and the total area of the
PLL chip is 0.9 x 0.9 mm2, of which the active area is just
0.17 mm2. The ILFD die microphotograph is shown in Fig. 12,
and that of the PLL chip overlaid with a layout image in Fig.
13. Both chips were mounted on FR-4 printed circuit boards,
to which all needed supply, bias and signal pads were wire-
bonded. Only the mm-wave signals were probed, using Infinity
microprobes from Cascade Microtech. The PLL measurement
setup is depicted in Fig. 14. The input reference frequency
was generated by an Agilent E4438C signal generator with
low-noise option UNJ. For the phase noise measurements, an
FSWP phase noise from Rohde & Schwarz with harmonic
mixers for the 50 to 75 GHz band was used. The FSWP also
provided the setup with low-noise supply voltages. An FSU50
spectrum analyzer with a harmonic mixer, also from Rohde
& Schwarz, was used for the output spectrum measurements.
The loop control voltage measurements used a 4 GHz 20
GS/s Rohde & Schwarz RTO 1044 digital oscilloscope. Pulses
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Fig. 15. Measured locking range at a power consumption of 2.5 mW for the
double injection version of the ILFD.

for the mode switch control were generated by a WW2572A
250 MS/s waveform generator from Tabor Electronics. To
not introduce noise on the sensitive loop control voltage
node, the oscilloscope was disconnected during phase noise
measurements.

Measurement results from the the ILFD are shown in
Fig. 15, and the two versions are compared in Table I.
When utilizing the full range of the varactor, the measured
locking range is increased from 13% for the single injection
circuit, to 17.5% for the double injection circuit. Even if
these ILFD measurements use less than 0 dBm input signal
due to measurement setup limitations, which is less than the
expected VCO output voltage in the PLL, also the single-
injection ILFD demonstrates a wide locking range covering the
VCO frequencies. However, using the single injection ILFD
in the PLL would allow for almost no drift in tuning due
to process and temperature variations between the VCO and
the ILFD. Since they will be tuned together by the same
control voltage, the key concern is how sensitive the mm-wave
parts of the PLL are to unforeseen tuning mismatch, and the
robustness is dependent on the locking range of the ILFD for
a fixed varactor control voltage. At a fixed varactor voltage
of V DD/2, measurements show that the double injection
technique increases the lock range by more than a factor of
two, from 2.4% to 5.2%.

When measuring the PLL, deviations from simulated per-
formance were found. One such difference was that the out-

TABLE I
COMPARISON BETWEEN MEASURED RESULTS FOR THE SINGLE

AND DOUBLE INJECTION CIRCUITS

At approximately 0 dBm Single injection Double injection
input power
Locking range at 2.5 mW 53 - 60.5 GHz

(13%)
52.8 - 62.9 GHz
(17.5%)

Locking range at 1.5 mW 54 - 60.9 GHz
(12%)

53.5 - 62 GHz
(15%)

Locking range at 2.5 mW
when Vvaractor = V DD/2

54.1 - 55.4 GHz
(2.4%)

54.1 - 57 GHz
(5.2%)

of-band noise was worse than anticipated from measurements
of earlier stand-alone VCOs in the same CMOS process [15],
possibly due to the decision to use a single ended output buffer
for the VCO signal, or due to noise coupling to the loop control
voltage node. This was addressed by increasing the PLL
bandwidth. The in-band noise was also higher than expected
from simulations, which was alleviated by the decision to
increase the CP current, and to complement the internal loop
filter with additional capacitance, connected externally. The
choice of external components was a capacitor twice the size
of the internal one, in series to ground with a resistor half
the size of the internal one. If implemented on chip, the extra
loop filter would add approximately 0.02 mm2 of active area,
making the new total active area 0.19 mm2.

All PLL performance measurements were taken using the
same settings applied to a single chip in room temperature.
Subsets of the full measurement set were also taken on three
additional chips, to investigate variations between samples.
The supply voltages for the VCO, ILFD, 20 GHz latch, and
the output buffer were set to 0.8 V, and the supply voltages
for the low frequency dividers, PFD, CP and CP amplifiers
were set to 1.06 V. The regular and large CP currents were
set to 300 µA and 7 x 300 = 2400 µA, respectively. The
total power consumption of the PLL was then measured to
15.2 mW in fast-locking mode, and 10.1 mW in low-noise
mode. The measured power consumption of each contributor
is visualized in Fig. 16. It is apparent that the CP current
results in a significant power consumption reduction when
the PLL operates in low-noise mode. However, the full effect
cannot be clearly seen in the figure since the CP shares supply
with the PFD, which in low-noise mode will operate at a
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Fig. 17. Measured phase noise of the PLL in (a) fast-locking mode and (b)
low-noise mode.

frequency 8 times higher, hence consuming more power. Since
the PLL will be in low-noise mode nearly all the time, the
power in low-noise mode will be presented as the PLL power
consumption.

The PLL frequency range, i.e. the range where the PLL
is able to acquire lock, was measured to 52.87 to 56.81
GHz. At the edges of this range, however, the reduced CP
and VCO gain reduce the PLL bandwidth, which along with
increased CP current mismatch result in degraded phase noise
performance. Hence, the useful frequency range of the PLL
is therefore where the phase noise performance is relatively
uniform. This was measured to be between 53.2 and 56.1 GHz,
a 5.3% range, in which the jitter deviated by less than 1.6 dB
from the minimum value of 176 fs, see Fig. 17. While the
measured tuning range, which is 1.45 GHz when divided by
two, is wide enough to cover the upcoming 5G band in the
USA, that is 0.85 GHz located between 27.5 and 28.35 GHz
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Fig. 18. Measured PLL output spectrum in low-noise mode, with a division
ratio of 24. The mixing products and undulating noise floor are due to the
harmonic mixer of the spectrum analyzer.

[5], it still requires some slight tuning. To ensure that the
intended bands are covered even in the presence of process
variations, the PLL frequency range could be increased. An
increased PLL output frequency range will also have the
added benefit of making the PLL useful in more applications.
The output frequency range of the presented PLL is mainly
defined by VCO tuning range. The most straight-forward way
to increase this is to increase the VCO varactor size or to
include switched capacitor arrays in the VCO tank, resulting
in a trade-off between phase-noise and tuning range.

The output spectrum at a PLL output frequency of 54 GHz
was measured, see Fig. 18. The PLL was in low-noise mode
and the total division ratio of the PLL was set to 24. To access
the differential VCO signal outside the chip it was fed to two
single-ended on-chip buffers, one of which was accessible by
on-chip probing. The buffers were sized down to produce a
signal of lower power, to reduce coupling to sensitive parts
of the circuit, as well as supply ripple due to high frequency
current through bond wires. Because of this, the measured off-
chip output signal power was about -27 dBm. Note that this is
just for measurement purposes, and that the PLL is intended
to deliver its output signal to a transceiver on the same chip.
Since the measurement setup lacked external amplifiers and
the used external mixer has high signal loss, the measured
spectrum has a high noise floor. As can be seen in the PLL
output spectrum in Fig. 18, the external harmonic mixer also
makes the noise floor itself undulate, and creates spurs. The
reference spurs, at a distance of 2.25 GHz from the carrier,
are measured to be below -61 dBc.

The PLL phase noise measurements in Fig. 17 show the
phase noise and RMS jitter across the PLL frequency range,
in low-noise and fast-locking mode. The total division ratio
was set to 24, by setting the Sel signal in Fig. 4 to a logic
0. The RMS jitter was calculated from the measurements
by integrating phase noise from 1 kHz to 30 MHz offset
frequency. The best measured phase noise performance was
at an output frequency of 54 GHz, where the RMS jitter was
176 fs and the phase noise at 1 MHz and 10 MHz offset
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TABLE II
PLL PERFORMANCE SUMMARY AND COMPARISON TO STATE-OF-THE-ART MM-WAVE CMOS PLLS

Ref. CMOS
Tech.
(nm)

Type Ref.
Freq.
(MHz)

Power
(mW)

Phase
Noise
@1MHz
(dBc/Hz)

RMS
Jitter
(fs)

Lock
Time
(µs)

Center
Freq.
(GHz)

Freq.
Range
(%)

Core
Area
(mm2)

Ref.
Spur
(dBc)

FOMPLL
1

(dB)

[34] 65 Fund. LO 135 24.6 -89.9 to -
91.5

- > 52 63.1 16.5 0.192 -54.5 -

[35] 40 Subsampling
PLL

40 42 -88 to -92 200 to
350

- 58.5 16.2 0.16 -40 -207.7 to
-202.9

[36]3 65 Time-to-
digital
converter
all digital PLL

100 48 -90 590.2 3 60 11.7 0.48 -74 -228

[37] 28 Fund. LO,
frac. N 24
GHz PLL +
60 GHz QILO

27 107 -93.8 to -
96.5

9002 - 59.4 18.2 0.294 - -221

[38] 65 All digital
PLL

100 46 -88 to
-94.5

223 to
302.5

< 14 58 27 0.45 -48.3 /-
52.25

-236 to -233

[39] 65 Subsampling
20 GHz PLL
+ 60 GHz
QILO

36 or
40

32 -922 290 - 60.4 16 1.086 -73 -236

This
work

28 Fund. LO, in-
teger N, mode-
switching

2280 107,8 -93 to -968 176 to
2128

39 54.65 5.3 0.1910 -61 -245 to -2438

1) FOM = 10log((
σt,PLL

1s
)2 PPLL

1mW
), defined in [40] 2) Estimated from graph. 3) Frequency generation part only. 4) Simulated. 5) Fractional spur.

6) Including pads. 7) Not including generation of the high reference frequency of 2280 MHz. 8) Low-noise mode, used as soon as locking is complete.
Fast-locking mode power consumption is 15.2 mW, phase noise at 1 MHz is -84 to -92 dBc/Hz, the RMS jitter is 245 to 433 fs and the FOM is -240 to
-235 dB. 9) Fast-locking mode, used only when locking. Low-noise mode lock time is 12 µs. 10) Including estimated area for implementation if the
externally added loop filter is placed on-chip instead.
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Fig. 19. Measured phase noise of fREF , scaled at output with 20log(N),
and the best-case measured PLL phase noise.

were -95.7 dBc and -103.5 dBc, respectively. The measured
in-band phase noise at 1 MHz offset stayed below -93 dBc in
all low-noise mode measurements. Since the PLL will be in
low-noise mode when used as a clock source, the measured
phase noise of this mode will be presented as the overall PLL
performance.

The measured noise includes a negligible noise contribution
from the frequency reference signal, see Fig. 19. If a CMOS
state-of-the-art, low-jitter 2.2 GHz PLL, such as [41], [42], is
used as the input reference frequency generator, the integrated
jitter is estimated to rise from 176 fs to between approximately
200 and 230 fs.

Separate phase noise measurements were conducted with
the current source matching in the CP disabled. They indicate
that the technique does help reduce the phase noise, especially
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Fig. 20. Measured phase noise of the PLL at 55 GHz in low-noise mode,
with the CP current matching ON and OFF.

at lower offset frequencies, as expected. A measurement
showing the impact on the phase noise in low-noise mode
is shown in Fig. 20.

To estimate the settling time, and to verify concept of the
mode-switching PLL, the loop control voltage was measured
during settling with a digital oscilloscope. To introduce a step
in the PLL, a pulsed input signal was applied to the Sel
signal that controls the division ratio of the divide-by-6-or-
4 divider in the feedback path, see Fig. 4, while the reference
frequency was kept constant. That means that the PLL goes
from an unlocked state, when the division ratio times the
reference frequency does not fall inside the VCO tuning range,
to a locked state. When Sel = 0, the total division ratio is
equal to 24, and if the loop is then in an unlocked state,
the targeted frequency is below the VCO tuning range and
the control voltage is at its minimum. When Sel = 1, on
the other hand, the total division ratio is equal to 36, and

10



0 2 4 6 8 10 12
−0.1

0
0.1
0.2
0.3
0.4
0.5
0.6
0.7
0.8
0.9

1
1.1

Time (µs)

Vo
lta

ge
(V

)

Loop Voltage, low-noise mode only

Loop Voltage, early mode switch

Loop Voltage, mode switch after stabilization

Mode Switch Signal

(a)

0 2 4 6 8 10 12
−0.1

0
0.1
0.2
0.3
0.4
0.5
0.6
0.7
0.8
0.9

1
1.1

Time (µs)

Vo
lta

ge
(V

)

Loop Voltage, low-noise mode only

Loop Voltage, early mode switch

Loop Voltage, mode switch after stabilization

Mode Switch Signal

(b)

Fig. 21. Measured loop control voltage during settling. Three different cases
of timing switching from fast-locking to low-noise mode are shown. (a)
Settling to 56.34 GHz. (b) Settling to 53.232 GHz.

if then in the unlocked state the targeted frequency is above
the VCO tuning range, and the control voltage is instead
at its maximum. Another pulsed signal was used to control
the PLL mode switch. In Fig. 21 the settling behaviour with
the mode switch activated at different time delays is shown.
When both pulsed signals switch at the same time, the settling
behaviour will be that of the low-noise mode. When the mode
switch signal is delayed, the settling instead starts in fast-
locking mode, followed by a switch to low-noise mode. The
estimated settling time in low-noise mode is about three times
longer than the estimated settling time using fast-locking mode
during the first part of the settling. The estimated maximum
settling time using fast-locking of 3 µs was determined as the
PLL settling time. The figure also shows that the switching
between modes has minimal impact on the output frequency,
and that the best time to switch from fast-locking to low-noise
mode is when the frequency is close to stable. However, the
measurements also show that since the switch can safely be
made at any time, and that any time operating in fast-locking
mode improves the settling time significantly, there is no need
for complicated algorithms and feedback to control the mode
switch mechanism.

The performance of the PLL is summarized in Table II.
The PLL figure-of-merit (FOMPLL) is commonly used for
wireless communication PLLs, and it is based on the theory in

[40], where the phase noise figure-of-merit (FOM) for VCOs
is extended to an entire PLL. Compared to state-of-the-art
published mm-wave PLLs, the mode-switching PLL reported
in this paper achieves comparable settling time, area and phase
noise performance, but at much lower power consumption,
which results in a state-of-the-art FOMPLL of -245 dB for this
frequency range. Even if the output frequency range is enough
to cover the main intended use of the PLL and also enough
to demonstrate the architecture, an increased range, attainable
with small changes in the VCO, would make it useful for a
wider range of applications.

V. CONCLUSION

A novel PLL for mm-wave frequency wireless transceivers
is presented, that mitigates the problem of cycle slips during
settling by switching between two modes of operation with
the same small-signal, but different large-signal properties.
Two key building blocks of the PLL include novel circuit
techniques. The first is a double injection divide-by-3 circuit
which increases the frequency lock range, allowing the power
consumption of the mm-wave divider to be robustly scaled
down to less than 0.8 mW. The second is the charge pump,
which has a replica-based feedback loop to diminish the
current mismatch due to channel length modulation, therefore
reducing low-frequency PLL phase noise. Measurements show
a PLL lock time of about 3 µs using the fast-settling mode
during the first part of settling, while then operating in low-
noise mode achieves a record low power consumption of 10
mW and a state-of-the-art FOMPLL of -245 dB for PLLs in
the 60 GHz range.
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